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ABSTRACT 

 

AN ULTRA WIDE BAND CMOS LOW  

NOISE AMPLIFIER DESIGN 

 

Nahusha Bhadravati Mohankumar, M.S. 

 

The University of Texas at Arlington, 2010 

 

Supervising Professor:  W. Alan Davis 

             An RF ultra wide band low noise amplifier designed for the frequency 

range of 12-18 GHz of operation is presented in this paper. The low noise amplifier is designed 

using the state-of-the-art complementary metal oxide semiconductor 45 nm technology. 

Berkeley’s Predictive Technology Model (PTM) is used to generate a fairly accurate 

mathematical model and the SPICE data is implemented into the BSIM 4 version of the 

Advanced Design Systems (ADS) program. The low noise design strategy is mainly based on 

the analysis of high frequency CMOS operation. This LNA has two stages: the first stage is a 

RL feedback amplifier with an inductive load, and the second stage is a RC feedback amplifier 

with an inductive load. High frequency small signal MOSFET models with shunt-shunt feedback 

are used to determine the input impedance, output impedance and gain equations governing 

this circuit. 

  Simulation results of this two stage feedback amplifier demonstrate a gain of 19 

dB over a 6 GHz bandwidth, high linearity, and a low noise figure – less than 2.4 dB. This is a 

low voltage high current amplifier which requires a supply voltage of simply 0.5 V and has low 

power consumption (~13.5 mW). 
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CHAPTER 1 

INTRODUCTION 

CMOS ultra wide band systems have gained importance and great research interests 

in recent years. With many System on Chip (SOC) designs developing rapidly in RF broadband 

applications, low noise amplifier (LNA) designs have become much more challenging, 

especially with miniaturized sub 100 nanometer gate length CMOS technologies. This is 

because at these gate lengths, it is extremely difficult to accurately predict the behavior, the 

physics behind the characteristics of operation of these infinitesimal MOSFETs. Yet, this is of 

high interest because of the low cost, smaller size and low noise capability. Also, small gate 

lengths are capable of easily driving ultra high frequency amplifiers in the GHz range, if 

designed accurately. MOSFETs with a gate length of 90 nm or less have been known to have a 

transition frequency up to 300 GHz or more [5].  

 Nevertheless, analog circuit design has always been a compromise between many 

design factors. Not only is it difficult to model the transistors, but the behavior of passive 

electronic components like resistors, inductors and capacitors built on monolithic integrated 

circuits suffer massive stability problems when operated at these extremely high frequencies. 

Monolithic transmission line designs come into picture as a solution, if not completely, to these 

problems.  

The mathematical equations used in this work to determine the fundamental device 

physics quantities such as the surface potential and a few other device voltage/current 

relationships are used directly from the BSIM v4 Manual [1]. This is because BSIM 4 is known 

to have one of the most accurate mathematical predictions to the behavior of short channel 

CMOS transistors. This is evident from the depth of mathematics involved in the set of 

equations they have invented to define short channel MOSFETs, and the large number of 

parameters involved in these calculations that define a short channel MOSFET. Also, most of 
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their parameters directly relate to the SPICE file parameters from the Berkeley’s Predictive 

Technology Model which is the main simulation model on which this 45 nm CMOS design is 

based upon. So, an attempt was made to predict the device characteristics based on those 

equations from BSIM to obtain fundamental quantities that define the 45 nm transistor, so that 

upon verification of accuracy of these equations from simulation results, it would make these 

equations valid to be later used in the actual circuit design. This procedure was required since 

none of the conventional equations that define a MOSFET could be used here because of all 

the dominant short channel effects that come into the picture. 

The SPICE parameters used for the simulation model in this work; originally developed 

at Arizona State University, is available at http://ptm.asu.edu. This model is known as the 

predictive technology model (PTM). The specific model used in this work is a 45 nm PTM model 

for a metal gate, high-k process. The direct link to the specific parameter list is 

http://ptm.asu.edu/modelcard/45nm_MGK.pm. This file is also printed in Appendix B. The 

defining values of various SPICE parameters are thus available for mathematical calculations 

through this SPICE file. Each and every parameter used in the mathematical calculations is 

explained here for convenience. This information is available from reference [1] and the Agilent 

ADS website. 

 

  

 
 
 

 

 

http://ptm.asu.edu/
http://ptm.asu.edu/modelcard/45nm_MGK.pm
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CHAPTER 2 

MODELING OF FUNDAMENTAL PARAMETERS THAT DEFINE THE 45NM CMOS PROCESS 

2.1 Surface Potential  

The electrostatic potential at the dielectric-substrate interface of a MOSFET is defined as the 

surface potential. The inversion phenomenon in MOSFETs occurs when this potential becomes 

equal to twice the Fermi level. For a short channel MOSFET, the surface potential is given by 

[1], 

PHIN
n

NDEP
ln

q
Tk

0.4Φ
i

B
s +








+=

                                                                                           (2.1)                                       

where, 

PHIN = 0 is the non uniform vertical doping effect on surface potential [Appendix B]. 

NDEP = 6.5 x1018 cm-3 is the channel doping concentration at the depletion edge for zero body 

bias [Appendix B]. 

kB –Boltzmann’s constant. At nominal room temperature of 300 K, KT/q = 25.85 mV, a well 

known constant. The charge of an electron is q.  

ni = 1.5 x1010 cm-3 is the intrinsic carrier concentration of silicon. 

Substituting these values in equation (2.1) gives,  

0
e5.1

e5.6
ln1085.250.4Φ

10

18
3

s +










×

×
×+= −

 

Φs = 0.914 V. 
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2.2 Threshold Voltage 

 The complete threshold voltage Vth equation that accounts for all the short channel and 

doping effects is given by [1], 

( )











−+⋅−−⋅+= bseffox2

eff
sbseffsox1th VK

L
LPEB

1Φ1KVΦK0VTHV  

( ) ( )
































Φ
+

⋅++Φ−++ s
0

'
eff

bseffs
eff

ox1
WW

TOXE
VB3K3K1

L
0LPE

1K  

( )























−























−







+

−













⋅− sbi

t

eff

tw

'
effeff

ΦV

1
l

L
1DVTcosh

0DVT

1
l
WL

1WDVTcosh

W0DVT
0.5  

( )





















⋅⋅+

−







− dsbseff

0t

eff

VVETAB0ETA

1
l
L

DSUBcosh

0.5
 

                                                                                                                                  (2.21) 

From Appendix B, 

VTH0 = 0.3423 V, where VTH0 is the threshold voltage with substrate bias VSB = 0. 

K1 = 0.2 V^0.5 is the first order body bias coefficient. 

K2 = K3 = K3B = 0  

K2 is the second order body bias coefficient. 

K3 is the narrow width coefficient. 

In short channel devices, when the channel width is decreased to a small value, the depletion 

region below the fringing fields become comparable to the depletion region formed by the 

vertical field. The result is an increase in the threshold voltage. This is known as the narrow 

width effect. 

K3B is the body effect coefficient of K3. 

LPEB = 0 m is the equivalent length of pocket implant accounting for the body bias. 
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Non-uniform lateral doping or pocket implant means that the doping concentration near the 

source/drain regions is higher than that in the middle of the region, and the parameter LPEB 

models this characteristic, if present.  

TOXE = 0.9 x10-9 m is the electrical gate equivalent oxide thickness. 

TOXM = 0.9 x10-9 m is the oxide thickness at which parameters are extracted. 

W0 = 2.5 x10-6 m is the narrow width effect parameter. 

DVT0W, DVT1W = 0 are the first and second coefficients that define the narrow width effect on 

the threshold voltage for small channel lengths.  

DVT0 =1, DVT1 = 2, are the first and second coefficients that model short channel effects on 

the threshold voltage. 

ETA0 = 0.0055, models the drain induced barrier lowering (DIBL) effect, the DIBL co-efficient in 

the sub-threshold region. 

DSUB = 0.078 is the exponent of the DIBL co-efficient ETA0, in the sub-threshold region. 

ETAB = 0 V-1 is the body bias co-efficient for the sub-threshold DIBL effect. 

DVTP0 = 1 x 10-10 is the first co-efficient of drain induced Vth shift due to long channel pocket 

devices. 

Now,  

TOXM
TOXE

1KK ox1 ⋅=   = 0.2       and      TOXM
TOXE

2KK ox2 ⋅=  = 0 

Vbs = 0 V substrate body bias since no body voltage is supplied to any transistor in the LNA. 

The effective Vbs voltage is given by [1], 

( ) ( )( )



 ⋅−−−+−−⋅+= bc1

2
1bcbs1bcbsbcbseff Vδ4δVVδVV0.5VV   

This relation has no effect because the substrate voltage itself is zero. 

 

 

 



 

 6 

2.2.1. Built In Potential 

 The built in potential of a MOSFET is given by [1], 











 ⋅
=

2
i

B
bi

n

NSDNDEP
ln

q
Tk

V                                                                                                   (2.22) 

NSD = 2.0x10-20 cm-3 is the source/drain doping concentration. 

NDEP = 6.5x10-18 cm-3 is the channel doping concentration at the depletion edge for zero body 

bias. 

( ) 













×

×⋅×
×=

  cm 10 1.5

100.2105.6
lnmV 25.85V

23-10

2018

bi  

Vbi= 1.1167 V.  

2.2.2. Characteristic Length 

 The characteristic length lt is modeled separately for each of the short channel effects 

and included in the final equation for the threshold voltage.    

 2.2.2.1 Change In lt Due To Narrow Width Effect     

 The characteristic length due to the narrow width effect is given by [1], 

( )bs
depsi

tw VW2DVT1
EPSROX

XTOXEε
l ⋅+⋅

⋅⋅
=  

This parameter may be neglected because the term that corresponds to the narrow width effect 

in the equation for the threshold voltage (2.21), the DVT0W = 0 from Appendix B. 

              2.2.2.2 Change In lt Due To Short Channel Effects (SCE)     

 The characteristic length modeled due to short channel effects is given by [1], 

( )bs
depsi

t V2DVT1
EPSROX

XTOXEε
l ⋅+⋅

⋅⋅
=                                                                                   (2.23)  

DVT2 = 0 is the body bias coefficient of the short channel effect on Vth  [Appendix B]. 

( )
qNDEP

VΦε2
X bsssi

dep
−

=                                                                                                          (2.24) 
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( )
1819dep

e5.6106.1

0914.068.112
X

×××

−××
=

−  

The permittivity of silicon εsi = 11.68 ε0 = 103.47x10-14 F/cm 

Xdep = 13.48 nm. 

( )001
9.3

nm48.13 m 10 0.968.11
l

-9

t ⋅+⋅
⋅×⋅

=  

lt  = 6.025 nm. 

                 2.2.2.3 Change In lt Due To Drain Induced Barrier Lowering Effect (DIBL)     

 The characteristic length due to the DIBL effect is given by [1], 

EPSROX

XTOXEε
l 0depsi

0t

⋅⋅
=                                                                                                         (2.25)  

where, 

qNDEP
Φε2

X ssi
0dep =                                                                                                                  (2.26) 

Since the body voltage is zero in SCE modeling, these equations are now similar to (2.23) and 

(2.24). Therefore, 

Xdep 0 = 13.48 nm. 

lt0  = 6.025 nm. 

                 2.2.2.4 Effective Gate Length   

 The transistor effective gate length modeled to account for various effects is explained 

below [1] 

dL2XLLL drawneff −+=                                                                                                        (2.27) 

where, 

XL = -20 e-9 m is the channel length offset due to the mask/etch effect. 

LWNLLNLWNLLN WL

LWL

W

LW

L

LL
LINTdL +++=                                    [1]                                          (2.28) 

From Appendix B, 
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LINT = 2.7x10-9 m is the channel length offset parameter. 

LL = 0 is the co-efficient of length dependence for length offset. 

LW = 0 is the co-efficient of width dependence for length offset. 

LWL = 0 is the co-efficient of length and width cross term dependence for length offset. 

LLN = 1 is the power of length dependence for length offset. 

LWN = 1 is the power of width dependence for length offset. 

Therefore, dL = 2.7x10-9 +0 +0 = 0 = 2.7x10-9 

Leff = 45x10-9 – 20x10-9 –(2.7x10-9)2, Leff = 19.6 nm. 

Substituting all these values into equation (2.21),  

( )











−+⋅−−⋅+= 0

n6.19
0

1914.02.00914.02.03423.0Vth  

 

( )











×

×+
++














−+⋅+ 914.0

106.2W

10x9.0
00V914.01

n6.19
LPEO

12.0
6-

eff

-9

 

 

( )


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

















−





















−







×

+

−






 ×
×

⋅− 914.01167.1

1
l

n6.19
2cosh

1

1
l

Wn6.19
0cosh

0
5.0

ttw

eff

 

 

( )


















×+
−







 ×
− 6.000055.0

1
n025.6

n6.19
078.0cosh

5.0
 

 

Vth = 0.28 V at VDS = 0.6 V                                                                                                   (2.28a) 

 2.3 The Drain Current 

 The drain current equation for the 45 nm CMOS in the linear/saturation region is given 

by [1], 

⋅






 −
+⋅







 −
+⋅







 −
+⋅




















+

+

⋅
=

ASCBE

dseffds

ADITS

dseffds

ADIBL

dseffds

Asat

A

clm

dseff

0dsds

0ds
ds V

VV
1

V
VV

1
V

VV
1

V
V

ln
C

1
1

V
IR

1

NFI
I
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                                                                                                                                               (2.29) 

where, Rds is the bias dependent source/drain resistance model. To invoke the internal model, 

rdsmod = 0, which assumes that the drain and the source regions are symmetrical in terms of 

their doping profiles [Appendix B]. Rds (V) is defined as [1], 

( )

( )WR
effcj

6

gsteff
sbseffs

ds
W101

VPRWG1
1

VPRWBRDSWRDSWMIN

)V(R
⋅×

























⋅+
+Φ−−Φ⋅⋅+

=        (2.30) 

From Appendix B, 

RDSW = 105 Ω (µm)WR is the zero bias LDD (lightly doped drain) resistance per unit width for 

rdsmod = 0.  

WR = 1 is the channel width dependence parameter of LDD resistance. 

RDSWMIN = 0 is the lightly doped source resistance per unit width. 

PRWB = 0 is the body bias dependence of LDD resistance. 

Weffcj is the effective drain/source diffusion width given by [1], 








 +++⋅−=
WWNWLNWWNWLN

drawn
effcj

WL

WWLC

W

WWC

L

WLC
DWJ2

NF
W

W                                                (2.30a) 

From Appendix B, 

DWJ = 0 is the offset of the source/drain junction width. 

WLC = WL =0  

WLC is the coefficient of length dependence for the CV (calculated coefficients of variation) 

channel width offset; WL is the coefficient of length dependence for width offset. 

WWC = WW = 0 

WWC is the coefficient of width dependence for CV channel width offset; WW is the coefficient 

of width dependence for width offset. 

WWLC = WWL =0  

WWLC is the coefficient of length and width cross term dependence for CV channel width 

offset; WWL is the of length and width cross term dependence for width offset. 
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NF  = 10 is the number of fingers. 

Wdrawn = 2250 nm is the drawn channel width. 

Substituting above values in the equation (2.30a),  








 +++⋅−=
WWNWLNWWNWLNeffcj

WL

0

W

0

L

0
02

10
n2250

W  

Weffcj = 225 nm. 

Substituting  the above values into equation (2.30) gives, 

( )

( )196

gsteff
ds

10225101

V01
1

914.00914.001050

)V(R
−×⋅×

























⋅+
+−−⋅⋅+

=  

Rds(V) =  0.4666 mΩ. 

2.3.1 Unified Mobility Model 

 The mathematical relation for the effective mobility of electrons that incorporates the 

short channel effects is given by [1], 

( )
2

thgsteffthgsteff

bseff

eff

TOXE

V2V
UB

TOXE

V2V
UCVUA1

0U
µ













 +
+












 +
++

=

                                (2.31)    

From Appendix B, 

mobmod = 0. 

U0 = 0.02947 m2/V-s, is the low field mobility. 

UA = -5x10-10 m/V, is the coefficient of the first order mobility degradation due to the vertical 

field. 

UB = 1.7x10-18 m2/V2, is the coefficient of the second order mobility degradation due to the 

vertical field. 

UC = 0, is the coefficient of mobility degradation due to body bias effect. 

Vgse is the effective gate voltage. Vgsteff is the effective value of (Vgse-Vth) given by [1], 
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( )

( )( )












 −−−
−

Φ
⋅+























 −
+

=

t

'
thgse

si

s
oxe

t

thgse
t

gsteff

nv

VoffVV*m1
exp

εqNDEP

2
nC*m

nv

VV*m
exp1lnnv

V                                 (2.32) 

Vgse is given by [1], 

( )













−

⋅

Φ−−
+

⋅
+Φ+= 1

TOXENGATEεq

VFBVEPSROX2
1

EPSROX

TOXENGATEεq
VFBV

2
si

sgs
2

2

2
si

sgse                  (2.32a) 

VFB = -1.058 V is the flat band voltage. 

NGATE = 1 x1023 cm-3 is the poly silicon gate doping concentration. 

Assuming Vgs = 0.5 V, and substituting above values into equation (2.32a), 

( ) ( )
( ) 













−

×⋅×××

−+×
+

×⋅×××
++=

−−

−−

1
e9.0e68.11106.1

914.0058.15.09.32
1

9.3

e9.0e68.11106.1
914.0 -1.058V

292316

2

2

292316

gse

 

Vgse = 0.499 V. 

Voff is given by [1], 

eff

'

L
VOFFL

VOFFVoff +=                                                                                                      (2.32b) 

VOFF = -0.13 V is the offset voltage in sub-threshold region for large W and L. 

VOFFL = 0 V is the channel-length dependence of VOFF. 

Substituting above values in equation (2.32b),  

eff

'

L
0

13.0Voff +−=  = -0.13 V. 

 m* is given by [1],  

 
( )
π
MINVarctan

5.0*m +=   

MINV = 0.05 is the Vgsteff fitting parameter for moderate inversion condition. 

Substituting for MINV in the above equation, 
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( )
π

05.0arctan
5.0*m +=  

m* = 0.515 

oxe
0

oxe C,
TOXE

εEPSROX
C

⋅
=  is the effective gate oxide capacitance [1]. 

EPSROX = 3.9 is the gate dielectric constant relative to vacuum for silicon dioxide [Appendix B]. 

Substituting this value in the above equation, 

9-

-14

oxe
01 0.9

01 103.4149.3
C

×

⋅×
=  

Coxe = 38.36 x 10-15 F/µm2 

n is the sub threshold swing parameter given by [1],  

oxeoxe

dep

C
CITTerm_Cdsc

C

C
NFACTOR1n

+
+⋅+=                                                                     (2.33) 

where, 

 
( )

1
l

L
1DVTcosh

5.0
VCDSCBVCDSCDCDSCTerm_Cdsc

t

eff
bseffds

−







⋅⋅+⋅+=

                [1] 

This term represents the coupling capacitance between drain/source to channel.  

From Appendix B, 

CDSC = 0 is the coupling capacitance between source/drain and channel. 

CDSCD = 0 is the body bias sensitivity of CDSC. 

CDSCB = 0 is the drain bias sensitivity of CDSC.  

Hence the term, 0Term_Cdsc = . 

CIT = 0 is the interface trap capacitance. 

NFACTOR = 1.9 

From [Appendix B of [1], 

VBM2K2γ1K s2 −Φ−=  

∴ 1Kγ2 =  



 

 13 

γ2 = 0.2 V0.5.  

oxe

si
2 C

NSUBεq2
γ =  

( )
si

2
oxe2

εq2
Cγ

NSUB =  

( )
68.11106.12

10 38.362.0
NSUB

19

215-

×××

××
=

−
 

NSUB = 1.77 x 1018 cm-3.  

dep

si
dep W

ε
C =  









=

qNSUB
ε2

W si
dep  










×××

×
=

− 1819dep
10 1.77106.1

68.112
W  

nm83.25Wdep =  

n83.25
68.11

Cdep =  

 Cdep = 4 fF/µm2 

Substituting these values in (2.33), 

1515

15

1036.38

00

1036.38

104
9.11n

−−

−

×

+
+

×

×
⋅+=  

n = 1.198. 

Replacing terms for their values in equation (2.32), 

( )

( )( )









×
−−−−

−
××××

×
⋅××+


















×
−

+××

=

− m 25.851.198
)13.0(2922.0499.0515.01

exp
68.11105.6106.1

914.02
 01 38.361.198515.0

m 25.851.198
2922.0499.0515.0

exp1ln 25.85m1.198

V

1819
15-

gsteff

 

Vgsteff = 0.2577 V. 
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Substituting for Vgsteff and other terms in equation (2.31) 

( )
2

9
18

9bseff
10

eff

109.0

0.29222 0.2577
107.1

109.0

0.29222 0.2577
V01051

02947.0
µ










×

×+
×+









×

×+
⋅+×−+

=

−
−

−
−

 

Effective mobility µeff = 0.0149 m2/V-s. 

Now Esat is defined as the electric field at which carrier velocity becomes saturated. This is 

given by [1], 

eff
sat µ

VSAT2
E =       

where, VSAT = 159550 m/s is the saturation velocity. Substituting these into above equation, 

 0.0149
1595502

Esat
×

=  

Esat = 21416107.38 V/m. 

2.3.2 Determination of Ids 0 

Ids0 is the drain current excluding some of the short channel effects expressed in equation 

(2.29). This is given by [1],   

































+

−

=

LE
V

1L

V2
V

1VQWµ

I

sat

ds

b

ds
ds0cheff

0ds                                                                                               (2.34) 

where, 

W = Weff given by [1],  

dW2XW
NF
drawnW

Weff −+=  

From Appendix B, 

XW =0 is the channel width offset due to the mask/etch effect. 

DWG = 0 is the coefficient of gate bias dependence of Weff. 

DWB = 0 is the coefficient of body bias dependence of Weff. 

WINT = 5 nm. 



 

 15 

WW = WL = WWL = 0 are the coefficients of width/length and their cross dependencies on 

width offset. 

Substituting above values, Weff = 215 nm. 

L = Leff as defined earlier. 

gsteffoxeff0ch VCQ ⋅=   [1] 

Qch0 = 9.8853 x10-3 F/m2.    

bulk

tgsteff
b A

v2V
V

+
=        [1]                                                                                                      (2.35) 

where  

bseff

'
eff

2

depeff

eff
gsteff

depeff

eff

bulk VKETA1
1

1BW

0B

XXJ2L

L
VAGS1

XXJ2L

L0A

doping_F1A
⋅+





















































+
+































⋅+
⋅−

⋅
⋅+

⋅

⋅+=  

[1] 

( )s'
eff

ox2
bseffs

ox1
eff

0WW

TOXE
B3KK

V2

K
L

LPEB
1

dopingF Φ
+

−+
−Φ

+

=−       [1] 

From Appendix B, 

LPEB = 0 is the lateral non uniform doping effect on K1. 

Substituting for LPEB and rest of the previously defined values in this equation, 

914.0
0WW

109.0
00

0914.02

2.0
n 19.6

0
1

doping_F
'

eff

19

×
+

×
⋅−+

−

⋅+
=

−

 

F_doping = 0.5229. 

From Appendix B, 

AGS = 0 is the coefficient of Vgs dependence of bulk charge effect. 

A0 = 1 is the coefficient of channel length dependence of bulk charge effect. 
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B0 = 0 is the bulk charge effect coefficient for channel width. 

XJ = 14 nm is the source/drain junction depth. 

Substituting all values for Abulk,  

0KETA1
1

1BW

0

n 13.48n142n6.19

n6.19
V01

n 13.48n142n6.19

n6.191

0.52291A

'
eff

2

gsteff

bulk ⋅+















































+
+























⋅+
⋅−

⋅
⋅+

⋅

⋅+=  

Abulk = 1.2177. 

Now, substituting this in the equation (2.35), 

1.2177
m85.252 0.2577

Vb
×+

=  

Vb = 0.2540 V. 

Substituting all these values in equation (2.34), 















×














×

+

×
−×××

=

n45 821416107.3
6.0

1n6.19

 0.25402
6.0

16.010 9.8853 0.0149n215
I

3-

0ds  

Ids0 = -108.198 uA.                                                                                                                (2.35a) 

The saturation Voltage Vdsat is given by [1], 

( )
tgsteffsatbulk

tgsteffsat
dsat v2VLEA

v2VLE
V

++

+
=  

here, L = Ldrawn = 45 nm. Substituting for other known terms, 

( )
39

39

dsat
1085.2522577.01045 821416107.32177.1

1085.2522577.01045 821416107.3
V

−−

−−

××++×××

××+××
=  

Vdsat = 0.201 V. 

Now, the effective Vdsat is given by [1], 

( ) ( ) 



 ⋅+−−+−−−= dsat

2
dsdsatdsdsatdsatdseff Vδ4δVVδVV

2
1

VV  
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( ) ( ) 



 ××+−−+−−−=  0.201 0.014 0.01 0.6 0.201 0.01 0.6 0.201

2
1

 0.201V 2
dseff  

Vds = 0.6 V, and δ = 0.01 V is a model parameter. 

Vdseff = 0.1961 V. 

The effect of channel length modulation on drain current is modeled in the relation [1], 

litl
1

E
V

L
V

IR
1

LE

V
PVAG1F

PCLM
1

C
sat

dsat
eff

dseff

dsods

effsat

gsteff
clm ⋅








+







 ⋅
+










+⋅⋅=                                (2.36) 

where,  

EPSROX
XJTOXEε

litl si ⋅
=    [1] 

9.3
XJ109.068.11

litl
9 ⋅××

=
−

 = 6.1429 nm 

tgsteff

eff

v2V

L
FPROUT1

1
F

+
⋅+

=
               [1] 

FPROUT = 0.2 V/(m)0.5 is the effect of pocket implant on ROUT degradation [Appendix B]. 

Substituting this value in the above equation, 

m85.2522577.0
n6.19

2.01

1
F

×+
×+

=  

F = 1. 

From Appendix B, 

PCLM = 0.06 is a channel length modulation parameter. 

PVAG = 1 x10-20 is the gate bias dependence of early voltage. 

Substituting all these values in equation (2.36), 

n1429.6
1

821416107.3
201.0

n6.19
9161.0

u -108.198m4666.0
1

n6.19821416107.3
2577.0

1011
06.0
1

C 20
clm ⋅







 +






 ×
+









×
⋅+⋅⋅= −

 

Cclm = 78.639. 
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Now from [1],  

( )dsatdsclmACLM VVCV −⋅=  is the equation for early voltage when only the CLM is the physical 

phenomenon taken into account. 

( ) 0.2016.0639.78VACLM −⋅= , VACLM = 31.376 V. 

VAsat is the early voltage at Vds = Vdsat given by [1], 

( )

λ
2

1AwvsatCR

v2V2
VA

1VWvsatCR2VLE

V

bulkeffoxeds

tgsteff

dsatbulk
gsteffeffoxedsdsateffsat

Asat

+−













+
−⋅++

=

 

λ = 1 is the non saturation effects modeling parameter for a pMOS transistor. 

Substituting for all parameters in the above equation, 

( )

1
2

11.2177n2151036.38159550m 0.4666

m85.2522577.02
201.01.2177

12577.0n2151036.38159550m 0.46662201.0n6.19821416107.3

V
15

15

Asat

+−×××××










⋅+
⋅

−⋅⋅⋅⋅⋅⋅⋅++×

=
−

−

 

VAsat = 0.6207 V. 

In equation (2.29) VA is given by [1],  

ACLMAsatA VVV +=  = 31.9961 V. 

Now VADITS is the early voltage due to the drain induced threshold shift  (DITS) effects given by 

[1], 

( ) ( )[ ]dseffADITS VPDITSDexpLPDITSL11F
PDITS

1
V ⋅⋅++⋅⋅=  

From Appendix B, 

PDITS = 0.1 V-1 is the impact of drain-induced Vth shift on ROUT. 

PDITSL = 2300000 m-1 is the channel length dependence of drain-induced Vth shift for ROUT. 

PDITSD = 0.23 V-1 is the Vds dependence of drain-induced Vth shift for ROUT. 

Substituting these values in the above equation, 
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( ) ( )[ ]6.023.0expn6.192300000111
1.0

1
VADITS ×⋅++⋅⋅=  

VADITS = 21.99 V. 

VASBE is the early voltage due to the substrate current  effect given by [1], 










−
⋅

−=
dsatdseffASCBE VV

litl1PSCBE
exp

L
2PSCBE

V
1

 

From Appendix B, 

PSCBE1 = 2 x109 V/m is the first substrate current induced body effect parameter. 

PSCBE2 = 1 x 10-7 m/V is the second substrate current induced body effect parameter. 

Substituting these values in the above equation, 












−
⋅⋅

−
×

=
−

201.06.0
n 6.1429101

exp
n6.19

102
V

1 79

ASCBE
 

VASCBE = 9.8 V. 

VADIBL is the early voltage due to DIBL effects given by [1], 

( ) 









+⋅















++
−

⋅+

+
=

effsat

gsteff

tgsteffdsatbulk

dsatbulk

bseffrout

tgsteff
ADIBL LE

V
PVAG1

v2VVA
VA

1
VPDIBLCB1θ

v2V
V         (2.37) 

where,  
2PDIBLC

2
lt

LDROUT
cosh2

1PDIBLC
θ

0

eff
rout +

−






 ⋅
=

 

From Appendix B, 

DROUT = 0.5 is the channel length dependence of DIBL effect on ROUT. 

PDIBLC1 = PDIBLC2 = 0.001 are the parameters for DIBL effects on ROUT. 

PDIBLCB = -0.005 V-1 is the body bias coefficient of DIBL effect on ROUT. 

Substituting these values in the above equation,  

001.0
2

n 6.025
n6.195.0

cosh2

001.0
θrout +

−






 ×
=  = 0.001346 

PVAG = 10-20 is the gate-bias dependence of early voltage [Appendix B]. 
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Substituting the above values into equation (2.36) gives, 

( ) 








×
+⋅









×++×
×

−
×−⋅

×+
= −

n19.6821416107.3
0.2577

101
m25.8520.25770.2011.2177

0.2011.2177
1

00.00510.001346
m25.8520.2577

V 20
ADIBL

 

VADIBL = 132.582 V 

Finally, substituting all of the above deduced parameter values into the main drain current 

equation (2.29), 

The drain current at Vds = 0.6 V and Vgs = 0.5 V is 

⋅






 −
+⋅







 −
+⋅







 −
+⋅















+
×

+

×
=

8.9
0.19616.0

1
99.21

0.19616.0
1

132.582
0.19616.0

1
 0.6207

9961.31
ln

639.78
1

1

0.1961
u -108.198m 0.4666

1

10u 108.198-
Ids

                                                                                                                                               (2.38) 

Ids = 1.224 mA. 

and the current to channel width ratio Ids/Wdrawn = 0.54 mA/um. 
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CHAPTER 3 

VERIFICATION OF THE MODEL 

 To test the accuracy of the model equations used in chapter 2 that define 45 nm CMOS 

transistors, the SPICE model file is uploaded to BSIM 4 version of the ADS (Advanced Design 

Systems), and simulation results are observed to verify the theory. Following sections show the 

simulation results and provide a comparison.  

3.1 The Threshold Voltage 

 Simulation results for the threshold voltage with Vds = 0.6 V and Vgs = 0.5 V is shown 

below. These test conditions are similar to the ones used in the mathematical model. 

 
Figure 3.1 Circuit model set up in ADS with Vds = 0.6 V and Vgs = 0.5 V  
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Figure 3.2 Threshold voltage is around 0.26 V as seen from the graph. 

From equation (2.28a), the calculated value of the threshold voltage Vth = 0.28 V, which is 

consistent with the simulation data. 

3.2 The Drain Current 

 Simulation results for the drain current with Vds = 0.6 V and Vgs = 0.5 V is shown below.  

                              

Figure 3.3 Drain Current Simulation result, ID = 1.02 mA 
 
 From equation (2.38), the calculated value of the drain current is ID = 1.22 mA, which is 

consistent with the simulation (Figure 3.2). These results show that this mathematical model is 

sufficiently accurate to be used in the LNA circuit design.  
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CHAPTER 4 

LOW NOISE CMOS DESIGN CONSIDERATIONS 

 For MOSFETs in the saturation regime, the dominant noise sources are thermal noise 

and flicker noise. However, flicker noise becomes negligible when MOSFETs are operated in 

the GHz frequency range. This is explained in detail in section 4.2. The following sections define 

the factors that affect the noise performance of a short channel MOSFET. 

4.1 Thermal Noise 

 Thermal noise in electronic circuits exists because of the resistive nature of the devices. 

In MOSFETs, the channel resistance is the main cause of the thermal noise. Fortunately, the 

short channel transistors have a very low drain to source output resistance (less than 1kΩ). This 

is one of the reasons short channel CMOS technologies tend to have the lowest noise figures  

[2] which is explained by the following equation, 






 −+≈

2

T
min C1γδζ

ω
ω

1F                                                                                                      (4.1) 

ωT is the transition frequency, γ and δ are bias dependent factors. As seen, the minimum noise 

is inversely proportional to ωT, which in turn is inversely related to Leff. Hence, short channel 

CMOS transistors have the lowest noise figures. 

 Thermal noise in a MOSFET consists of drain current noise and induced gate current 

noise as defined by [3].   

4.1.1 Drain Current Noise     

 The drain current noise is defined as [3]  

0d
2
d gγfkT4i ∆=  

where gdo is the drain output conductance under zero drain bias. The parameter γ is a bias 

dependent factor.  
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4.1.2 Induced Gate Current Noise     

 The induced gate current noise is defined as [3]  

g
2
g gδfkT4i ∆= , where 

0d

2
gs

2

g g

Cω
ζg =                                                                                         (4.2) 

Hence, induced gate current noise is proportional to the square of ωC and dominates MOSFET 

noise at high frequencies. The parameters δ, ζ are bias dependent factors. This noise appears 

due to local fluctuations created by capacitive coupling through the gate oxide layer [2]. 

4.2 Flicker Noise 

 Flicker noise in MOSFETs is given by the relation [8], 

f
f

I
Ki

b

a
2
n ∆=  

where K is a device specific constant, a and b are constants. Flicker noise is inversely 

proportional to the frequency of operation which makes its contribution significant only at low 

frequencies. 

4.3 Noise Reduction in Parallel MOSFETs 

 When a number of transistors are connected in parallel as shown in Figure 4.1, the 

circuit tends to reduce the overall voltage noise of the amplifier.  
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                    Figure 4.1 Small signal equivalent of two transistors connected in parallel 
  

The instantaneous short circuit output current and the input referred noise voltage for such a 

parallel combination of 2 circuits is given by [6] 
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In this equation, N is the total number of parallel devices. Vni is the total voltage noise referred to 

the amplifier input. If Rs is 0 in the voltage noise equation, then [6] 

N

V
V n

ni =                                                                                                                                  (4.3) 

Therefore, the larger the number of parallel devices, the lower is the noise voltage at the input 

of the amplifier. 
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 For an amplifier with two stages, the overall amplifier noise figure is given by [7],  

( )
1

2
1 G

1F
FF

−
+=                                                                                                                          (4.4) 

It is evident from the above equation that the first stage contributes the major portion of the 

amplifier output noise figure, so paralleling multiple MOSFETs in the first stage results in a 

lower overall output noise figure. 

 Based on the analysis of the above noise sources in high frequency short channel 

CMOS circuits, it can be concluded that the MOSFETs in an LNA should have the minimum 

channel width that still gives the desired gain. This is because higher channel widths increase 

Cgs which is proportional to the induced gate current noise, a dominant source of noise in short 

channel CMOS at GHz frequencies [equation (4.2)]. Also, a high quiescent current can be split 

between many devices biased in parallel which further results in better noise figures (equation 

4.3). Another important design technique is to reduce the number of resistors in the circuit as 

much as possible to minimize direct thermal noise contribution from resistors. 
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CHAPTER 5 
 

LNA CIRCUIT ARCHITECTURE AND DESIGN 

 A new LNA architecture is proposed that includes all the low noise design factors 

discussed in the previous chapter. Due to the low output impedance of short channel devices, it 

is difficult to achieve high gain in a single stage. Therefore, two stages are designed where the 

first stage is a series RL shunt-shunt feedback network (Figure 5.1 (a)) and the second stage is 

a parallel RC shunt-shunt feedback network (Figure 5.3 (a)). Both stages have inductive loads. 

Inductor loads require more chip area, but provide better noise figures by avoiding resistive 

thermal noise in the circuit. The two stages are AC coupled through a capacitor.  

  The following sections show the schematic diagrams for each stage. High frequency 

small signal MOSFET models with shunt-shunt feedback are used to determine the input 

impedance, output impedance and gain equations governing these circuits (Figure 5.1 (b) and 

(5.3 (b)). This is followed by estimation of values for all the circuit components. The amplifier is 

then impedance matched to 50 ohms at both the input and output terminals over the desired 

pass band using LC filter impedance matching technique. This amplifier circuit is simulated in 

ADS and the feedback circuit components are then optimized from their calculated values to 

stabilize the circuit for the bandwidth of interest. During simulation, parasitic RLC networks are 

connected to both the supply voltage and the ground to include the parasitic effects of IC layout 

design.  

 The aim is to achieve a voltage gain 20 log (S21) of 20 dB (50 ohm impedance matched 

at the input and output ports) a Noise Figure less than 4 dB, a bandwidth (BW) of 6 GHz 

between 12 – 18 GHz, complete stable operation in this bandwidth, S11 and S22 less than -10 dB 

in this bandwidth to reduce return loss, a power consumption of less than 15 mW with a power 

supply of 0.5 V. 
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5.1 Biasing The Circuit  

 To bias this circuit, a resistive voltage divider is not implemented to avoid more resistors 

in the circuit in order to minimize the thermal noise. A second choice is to bias the circuit with a 

current mirror. Using a current mirror certainly stabilizes the bias point but increases the power 

consumption of the amplifier. To overcome these drawbacks, a DC blocking capacitor is used in 

the front end and the feedback network is used to provide the DC bias for the amplifier. This is 

possible in the case of MOSFETs, because the MOSFET gate acts as a capacitor and blocks 

DC. 

5.2 LNA Design: Stage I  

 The first stage series RL shunt-shunt feedback amplifier with inductive load is shown in 

Figure 5.1(a). Rs is the source resistance, RF1 and LF1 are feedback elements, L1 is the load 

inductor. Body is connected to source, so body bias is zero.  Figure 5.1(b) is the high frequency 

small signal model for a NMOS. The equivalent miller capacitance Cm is given by (1- Av1) Cgd, 

where Cgd is the gate to drain capacitance. 
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(a) 

 

 
(b) 

Figure 5.1 (a) Circuit architecture for input stage (b) High frequency small signal NMOS model 

5.2.1Shunt-Shunt RL Feedback     

 The feedback in Figure 5.1 (a) is clearly a shunt-shunt feedback connection. Therefore 

this amplifier is modeled as a trans-resistance amplifier to simplify the analysis. From the 

fundamental feedback theory as explained in [8], this circuit is modeled by determining the 

feedback transfer function through admittance parameters. 
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(a) 
 
 
 
 

       
(b) 

  

Figure 5.2 (a) Shunt-Shunt small signal feedback circuit (b) feedback network 

  A shunt- shunt network is a current feedback amplifier. Therefore the transfer function 

of the feedback network is positive. But since the basic amplifier is an NMOS inverting amplifier, 

this becomes a negative feedback amplifier. Also, Cin1 = Cgs + Cm,. The complete small signal 

model including feedback is given in Figure 5.2 (a). 

 The admittance parameters for the feedback circuit of Figure 5.2 (b) are,  
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where f1 is the feedback transfer function. When Kirchhoff’s voltage law (KVL) is applied to the 

input and output loops of Figure 5.2(a), 

        

( ) 

















+= 1F1F
1in

s11 sLRII
sC

1
IIRiv                

 

( )
( ) 












++++

+
=

1FS1FS1F1inS1in1F
2

1F1FS
11

RRLRRCsRCLs

sLRR
iv                                                                 (5.2) 

 
( ){ }11F1F0111m01 IIsLsLRIIrvgv +−=  

 
( )

( ) ( ) 








++++
+

−=
11F1F1F1F101

1F1F101
11m01 sLsLRsLRsLr

sLRSLr
vgv                                                                (5.3) 

 
The trans-resistance amplifier gain a1 is the open loop gain derived from equations (5.2) and 

(5.3) given by, 
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The loop gain is 

 111 faT =               

Substituting for f1 from equation (5.1) and a1 from equation (5.4), 
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The overall feedback amplifier gain A1 is given by, 
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Substituting for T1 from equation (5.5) and a1 from equation (5.4) and rearranging the terms 
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This is the overall trans-resistance gain of the amplifier. Hence the voltage gain for stage 1 is 

given by, 
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Voltage gain 
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Substituting equation (5.6) for A1 in the above equation, the voltage gain for stage I is given by,  
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The shunt connection always reduces the impedance. The input impedance is given by, 
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where Zina is the basic amplifier input impedance. From Figure 5.2(a), 
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Substituting equation (5.9) in the equation (5.8) gives, 
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The input impedance of the feedback amplifier ZIn1 excludes Rs, therefore                
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The input impedance of the circuit Figure 5.1(a) is given by, 
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Zin = Rs + Zin1                                                                                                                          (5.10) 

In a similar way, the shunt connection at the output decreases the impedance as given by, 
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where Z01a is the basic amplifier output impedance. From Figure 5.2 (a), 
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Substituting for Z01 in equation (5.11), 
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This is the output impedance for first stage of the amplifier, which is also the source impedance 

for stage II. 

5.3 LNA Design: Stage II  

 The second stage is a parallel RC shunt-shunt feedback amplifier with inductive load [ 

Figure 5.3(a)]. The source impedance is Z01 which is the output impedance of stage I, RF2 and 

CF2 are feedback elements and L2 is the load inductor. The body is connected to the source, so 

body bias is zero. Similar shunt-shunt feedback theory is applied to this stage as in stage I. It is 

modeled as a trans-resistance amplifier. Figure 5.3(b) and (c) shows the small signal high 

frequency model with feedback for stage II. 
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(a) 

 

 

                 
 

(b) 

(b) 

Figure 5.3 (a) Circuit architecture for output stage (b) shunt-shunt small signal feedback circuit 
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Figure 5.4 Feedback network 

5.3.1Shunt-Shunt RC Feedback     

 The admittance parameters for the feedback circuit of Figure 5.4 are, 
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where f2 is the feedback transfer function. Application of the KVL at the input and output loops in 

Figure 5.3(b) gives, 
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The basic amplifier open loop gain, a2, derived from equations (5.14) and (5.15) is given by, 
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The loop gain 
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The overall trans-resistance amplifier gain A2 is given by, 
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Substituting (5.16) and (5.17) in the above equation and rearranging the terms gives, 
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The equation (5.18) is the trans-resistance gain of the amplifier. Therefore the voltage gain for 

stage 2 is given by, 
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Substituting equation (5.18) for A2 in the above equation, the voltage gain for stage II is given 

by,  
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           (5.19) 

Total gain of the amplifier is Av = (Av1) (Av2). 

The shunt connection at the output decreases the impedance as given by, 
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where Z02a is the basic amplifier output impedance. From Figure 5.3 (b), 
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Substituting equation (5.19) for Z02 in the above equation,  
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This is the output impedance of the amplifier. 

5.4 Design of Amplifier Circuit Components  

 Given the complexity of the circuit gain equations (5.7 and 5.19) and the impedance 

equations (5.4 and 5.20), simplification of the feedback theory is used in the design of an LNA 

for the desired specifications. The voltage gain equation for each stage of the amplifier as 

defined earlier can be approximated using feedback theory as shown below: 
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The gain is negative for an inverting amplifier. Similarly for stage 2, 
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If T2>>1, 
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  The desired power consumption is to be less than 15 mW using a 0.5 V power supply. 

Therefore, the maximum current for the amplifier is given by, 

Maximum Current = Total maximum Power Consumption / Supply Voltage 

Therefore, the maximum current in the circuit has to be less than 30 mA. To achieve a voltage 

gain of 20 dB, let the maximum total current in the amplifier be limited to 25 mA. Let the desired 

voltage gain of the first stage be 13 dB and that of the second stage be 7 dB. Therefore, 
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Taking the magnitude of equation (5.21),  
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Resistance RF1 is a feedback element which determines the stability of circuit operation along 

with LF1. Assuming RF1 to be 220 Ohms for now, and the center frequency fc = 15 GHz,  
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 If say 10 NMOSFETs are connected in parallel with a total current in stage I being 

limited to 16 mA, and 5 NMOSFETs are connected in parallel for stage II with a total current of 9  
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mA leading up to a total of 25 mA in the amplifier, each NMOS in the LNA has to be biased  with 

a quiescent current of 1.6 mA. 

 To operate in saturation, VDS should be > (VGS – Vth). Because both stages have 

inductor loads, the DC drop across these inductors are approximately zero. Because the MOS 

input gate current is zero, the gate voltage is approximately the same as the drain voltage which 

is approximately equal to 0.5 V. This ensures that the NMOS is always in the saturation region. 

Using the mathematical model equations from chapter 2, the required channel width to bias 

each NMOS to ID = 1.6 mA is determined below. 

All equations in chapter 2 use Vgs = 0.5 V and Vds = 0.6 V. Therefore, all the equations that are 

affected when Vds = 0.5 V, are recalculated below: 
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Vth = 0.2913 V at VDS = 0.5 V. 
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Vgsteff = 0.2095 V. 
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The product of the last four terms in the equation for drain current (2.38) after simplification is 

(1.0644) (1.003) (1.018) (1.041) = 1.13. Since this value is approximately equal to 1, if the 

product of these four terms were substituted by 1 in the equation for drain current (2.38), drain 

current becomes ID = 1.08 mA, which is very close to the simulation result (ID = 1.028 mA from 

Figure 3.2). This simplification modifies the drain current equation (2.29) below: 
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For NF=10 fingers, total W = (464.52) (10). 

Therefore, W = 4645.2 nm for every NMOS in the circuit. Simulation results for this dimension of 

the NMOS transistor yields a transconductance  
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The input capacitance of the amplifier stage 1 is given by, 
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For 10 transistors in parallel (Figure 6.3) for stage 1 of the amplifier, 
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The transconductance is given by, 
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Therefore, ( )gdgs
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Substituting V/A0117.0gm = equivalent of 10 parallel MOSFETs in the above equation,  

( )01045.53π2

100.0117
f

15T
+×

×
=

−
 

GHz34.348fT =  is the transition frequency of the 45 nm NMOS transistor. 

The drain to body Cdb capacitance of the stage 1, which is 0.8 fF as obtained by simulation is in 

parallel with the input capacitance of the stage 2: 

For 5 transistors in parallel (Figure 6.4) for stage 2 of the amplifier, 

Cin2 = 5 Cgs2 with Cgd2 = 0 in the saturation region. 

The width of each NMOS in stage 2 is the same as that of stage 1.  

Therefore Cgs2 = Cgs1 = 5.34 fF. 

Hence the input capacitance of stage 2 is Cin2 = 26.73 fF. This is in parallel with the feedback 

capacitance CF2 of the amplifier stage 2. 

At the operating point, simulation gives the magnitude of the output impedance of stage 1 at 15 

GHz as Z01 ~ 45 Ohms. From equation (5.9), 
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This capacitance acts like an equivalent miller capacitance in the feedback path and is amplified 

by the stage 2 inverting amplifier gain. 

Cm2 = (1 - Av2) CF2 

Therefore Cm2 = (1 – (-2.23)) 78.4fF = 253.23 fF.  

Hence, the equivalent capacitance at the input of the amplifier stage 2, which acts a load 

capacitor for the stage 1 is given by, 

Cin2 = Cm2 + 5 Cgs2 = 253. 23 fF + 133.65 fF = 386.88 fF. 

The value of the load inductor L1 to cancel out this capacitance at 15 GHz is given by, 
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L1 = 0.29 nH 

The output capacitance of stage 2 is the equivalent miller capacitance from the feedback 

capacitor CF2. Hence, Cout = Cm2 = 253.23 fF. The load inductor of stage 2 is determined by,  
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L2 = 0.44 nH. 

5.5 Impedance Matching 

 Impedance matching is important to minimize signal reflections at the input and the 

output ports of the amplifier. For the desired wide bandwidth of 6 GHz (12-18 GHz), it is very 

difficult to model inductors and capacitors and get them to operate properly for the complete 
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bandwidth of interest. A simple matching network is designed using conventional methods. 

Some component values are optimized in ADS to achieve the desired results. Figures below 

show the component values of these matching networks obtained using the “L” matching circuit 

for which software is available at uta.edu [9]. The terminal impedances at the input and the 

output of the amplifier at 15 GHz are obtained from the simulation results (Figures 5.5).  

                     

              Figure 5.5 S parameters of the unmatched amplifier network.  Z0 =50 ohms. 

Figure 5.5 shows the plot of S parameters and the terminal impedances of the two port network 

model of the amplifier at the center frequency fc = 15 GHz. From figure 5.5,  

Input impedance of the two port network = 50 (0.885 – j2.104) = 44.25 – j105.2 Ohms. 

Output impedance of the two port network = 50 (0.299 + j 0.225) = 14.95 + j 11.25 Ohms. 
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(a) 

                    

(b) 

Figure 5.6 (a) Input Impedance matching (b) Output impedance matching 

 An additional Pi network (Figure 6.4) with an inductor of 0.26 nH and two capacitors of 

400 fF is used to improve output impedance matching. These values are obtained by simulation 

through trial and error method. 
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CHAPTER 6 
 

LNA SIMULATION IN ADS 

 The circuit is simulated in ADS with all the calculated component values and design 

criteria explained in the previous chapter. The stability of both stages are obtained by optimizing 

feedback elements to satisfy the Rollett stability criteria for unconditional stability [10] defined as  

1
SS2

SS1
k

2112

22
22

2
11 ≥

∆+−−
=                                                                                                    (6.1) 

 The following diagrams show the step by step simulation results obtained by ADS. The 

width of each NMOS is set to 4500 nm split into 10 fingers, and the circuit components are 

optimized to achieve the desired results. As a result some of the passive elements are L1, L2 = 

0.22 nH, RF2 = 710 Ohms, CF2 = 40 fF with each NMOS driving a current of 1.8 mA. 

  A bandwidth of approximately 1.8 GHz from 14.4 – 16.6 GHz was achieved, although 

the gain of the amplifier is within 3 dB of its maximum value for the 6 GHz bandwidth from 12 – 

18 GHz. The peak gain achieved is 19.2 dB centered at 15.4 GHz. The maximum noise figure in 

the circuit is 2.2 dB at 18 GHz, with a noise figure of 1.5 dB at 15.4 GHz. The total current 

consumption is nearly 27 mA, so the power consumption is 13.5 mW. The amplifier is 

completely stable in the 12-18 GHz bandwidth. 
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Figure 6.1 The effects of layout parasitics incorporated by equivalent RLC network connected to               
      both supply and ground 

 
 The RLC network in figure 6.2 accounts for the signal degradation and layout parasitic 

effects that originate from the bonding pad connections of an IC. This network is used in the low 

noise amplifier circuit as shown in figure 6.4.  

 
 

Figure 6.2 LNA circuit stage I 
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Figure 6.3 LNA circuit stage II 

 
Figure 6.4 The complete LNA 
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Figure 6.5 Simulation setup in ADS 

 
 
 
           

 
Figure 6.6 LNA Gain S21 in dB  

 Figure 6.6 shows a plot with a voltage gain of the amplifier in dB in the frequency range 

of 12-18 GHz. The peak gain is 19.11 dB at the center frequency 15.4 GHz. 
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Figure 6.7 LNA noise figure in dB 

           Figure 6.7 shows a plot of the noise figure in dB measured at the output of the low  
 
noise amplifier for the frequency range of 12 to 18 GHz. 

 
Figure 6.8 Stability Factor K >1 

 Figure 6.8 shows a plot of stability factor of the amplifier. From the above figure, It  
 
can be seen that stability factor is greater than 1 in the complete bandwidth of interest (12-18  
 
GHz) and therefore satifies Rollett stability criteria (6.1). 
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Figure 6.9 Input impedance 

           

    
Figure 6.10 Output impedance 

 The input and the output impedance variations with the frequency of operation are 

plotted in figures (6.9) and (6.10). The impedance is matched to 50 ohms at the input and the 

output of the amplifier using an L matching network (figure 5.4). 
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 Figure 6.11 Input voltage reflection co-efficient S11 in dB 

           

 
      Figure 6.12 Output voltage reflection co-efficient S22 in dB 

 

 Figures (6.11) and (6.12) show the variation of input and output voltage reflection 

coefficients versus frequency. The parameters S11 and S22 are below -10 dB for a bandwidth of 

1.8 GHz from 14.40 to 16.20 GHz, so this frequency range has a negligible return loss. 
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 Figure 6.13 Total Current consumption by the LNA 
 
From figure (6.13), it can be seen that the total DC current consumed by the low noise amplifier  
 
is 27.02 mA. Therefore, total power consumption = (0.5 V) (27 mA) = 13.5 mW, where 0.5 V is 

the value of the power supply voltage.        

 
Figure 6.14 Transient analysis 

Figure 6.14 shows a plot of the input and the output AC voltage waveforms.  Vin is the input 

voltage in mV and Vout is the output voltage in mV. 
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 Figure 6.15 1 dB compression point simulation setup           

 

Figure 6.16 1 dB compression point and Harmonic analysis results 
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In the figure 6.16, the harmonic balance analysis shows the output power of the LNA decreases 

with the increase in the frequency of operation. Also, the 1 dB compression point for this LNA 

occurs when the input signal power is -18 dB. 1 dB compression point is defined as the input 

power at which the amplifier output power decreases by 1 dB. 

 

Figure 6.17 IIP3 measurement at 15.4 GHz 
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CHAPTER 7 

CONCLUSIONS 

  A new two stage RL/RC feedback LNA architecture with parallel MOSFETs was 

defined, modeled and simulated with state-of-the-art standard 45 nm CMOS technology. A 

voltage gain of about 19 dB was well established in the frequency range 12 – 18 GHz, with a 

noise figure of about 2.2 dB. This LNA is capable of proper operation with a very low supply 

voltage of only 0.5 V. Mathematical predictions were fairly accurate and were verified with 

closely matched simulation results. The parasitic effects that come into the picture during layout 

design are taken into account (Figure 6.1) in the simulation by including RLC parasitic networks 

between the supply, circuit and the ground. To obtain an idea of the circuit performance 

degradation due to the layout parasitic effects, the simulation of the amplifier without the 

parasitic networks is presented in Appendix C. 

 A simple Impedance matching technique was used to match the amplifier terminals to 

the loads and the network elements were optimized to provide the best possible matching. The 

voltage reflection coefficients S11 and S22 are below -10 dB in the frequency range of 14.4 to 

16.2 GHz. So, there is a minimal voltage reflection for about a bandwidth of 1.8 GHz around the 

center frequency fc = 15 GHz. The two stage low noise amplifier is unconditionally stable over 

the complete 6 GHz bandwidth of interest and about 10 GHz around the center frequency.
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APPENDIX A 

 
 

INDUCTOR LAYOUT DESIGN TECHNIQUES THAT 
 

 ENSURE THEIR PROPER OPERATION  
 

AT GHZ FREQUENCIES 
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 One of the most challenging aspects of ultra wide band high frequency circuit and 

layout design is to make sure that the on chip inductors operate properly for the complete 

bandwidth of interest. The inductance value of an inductor used in a circuit plays an important 

role in determining the suitable layout design technique which ensures its proper operation in 

ultra wide band systems. The proper operation of other passive components in the circuit is 

important as well. In the GHz frequency range, it becomes more difficult to predict the proper 

operation of passive circuit elements.  

 All the feedback and load inductors used in this LNA are close to 0.22 nH. Inductors of 

this value can operate properly up to 60 GHz, when millimeter wave stacked inductor layout 

design techniques are implemented as described in [17]. This shows a comparison between 

different inductance values and their variation against frequency in the GHz range. It is also 

evident from this publication that the designed and measured values are close to within 10% for 

stacked inductor layout designs when measured at 40 GHz.  
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APPENDIX B 

 
 

THE PREDICTIVE TECHNOLOGY MODEL NMOS 45 NM SPICE PARAMETER LIST 
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APPENDIX C 

 
 

SIMULATION OUTPUTS OF THE LNA WITHOUT THE RLC PARASITIC NETWORKS 
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Figure C.1 Voltage gain of the LNA without the RLC parasitic networks. 

From the figure C.1, the voltage gain has a relatively flat response (wider bandwidth at the 

maximum voltage gain) when compared to figure 6.6. 

 

Figure C.2 The stability factor and the noise figure without the RLC parasitic networks. 

From the figure C.2, the LNA seems to have better stability and noise figure as compared the 

figures 6.7 and 6.8. 
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